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Abstract—Power amplifiers (PAs) are widely used, for example,
to emulate the behavior of the power grid or electric machines
under critical operating conditions, to measure the impedance
of the power grid, or to generate specific impedance profiles in
power-hardware-in-the-loop (P-HIL) tests. To accurately emulate
dynamic effects and to characterize power electronic systems fea-
turing wide-bandgap power semiconductors, PAs with very high
output voltage quality and ever higher bandwidth (BW) at full
output power are required, motivating the development of ul-
trahigh bandwidth power amplifiers (UHBW-PAs). While linear
UHBW-PAs achieve very high signal fidelity and BW, they suffer
from a tremendously bad efficiency, demanding large cooling effort
and resulting in uneconomical operation, particular at high power
levels and/or during long-term tests. Therefore, this article inves-
tigates possibilities for a switch-mode realization of UHBW-PAs
with significantly higher efficiency and power density compared to
existing solutions. There are two key concepts, namely series- and
parallel-interleaving of multiple switching and/or converter cells,
that allow to increase the effective switching frequency relevant to
output filtering without increasing the individual device switching
frequency that determines the per device switching losses. This
article analyzes comprehensively the advantages and disadvan-
tages of a combination of series- and parallel-interleaving in terms
of losses, volume and complexity scaling. Finally, a UHBW-PA
with 10 kVA output power (single-phase), a nominal rms output
voltage of 230 V, a full-power BW of 100 kHz, very high output
voltage quality (third and fifth harmonic < 2.5 V and < 1.2 V,
respectively), an efficiency > 95%, a power density of 25 kW/dm3

(410W/in3), and a switching frequency of 4.8MHz is presented. A
hardware demonstrator is built and extensive measurements verify
the system performance and confirm the calculation from the initial
analyses with loss models.

Index Terms—DC–AC power conversion, inverters, power amp-
lifiers, power electronics, power system testing, power-hardware-
in-the-loop, wide-bandgap (WBG) semiconductors.

I. INTRODUCTION

T ESTING and characterization of power electronic systems
is of great importance for their stable and reliable operation
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Fig. 1. System overview of the 100 kHz large-signal BW power amplifier.
Figure taken from [10].

in the field. In industrial practice, power-hardware-in-the-loop
(P-HIL) test environments are mostly used for this purpose, since
they offer a cost-effective way to test various operating modes,
difficult to achieve with fully implemented hardware setups [1].
Here, the behavior of a system model is emulated by means of
a real-time simulator (RTS) and a power amplifier (PA), where
the latter is connected to a power electronic system under test
(SUT) [2], [3]. Examples are the emulation of the power grid for
testing grid-tied inverter stages (e.g., photovoltaic inverters) or
rectifiers with regard to grid compatibility (voltage imbalances,
transient phenomena, and/or frequency deviations) [4], the emu-
lation of a certain virtual grid impedance [5], [6], or any dc or ac
load, e.g., an electric machine [7], for analyzing drive systems
and/or their control loops. A further application scenario is the
measurement of the grid impedance [8], which has a significant
impact on the stability of grid-tied converters [9]. As shown,
e.g., in [2], the bandwidth (BW) of such power amplifiers is
the ultimate limiting factor for the achievable accuracy when
emulating dynamic effects like voltage and/or load transients.
Furthermore, maximum output voltage quality, i.e., minimum
distortion and minimum noise, must be ensured while simulta-
neously offering the ability to source and/or sink multiple kVAs
of output power (bidirectional power flow, arbitrary load phase
angle ϕ). This clearly motivates the use of ultrahigh bandwidth
power amplifiers (UHBW-PAs) as an interface to the SUTs.

Fig. 1 shows a very simplified block diagram of such a three-
phase UHBW-PA that is composed of a (typically isolated) three-
phase grid interfacing rectifier stage to provide a (galvanically
isolated) dc-link voltage Vdc for the subsequent ultrahigh BW
inverter stage (dc–ac stage, highlighted in blue). The design of
one single-phase module of the latter is the focus of this article. A
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TABLE I
MAIN SYSTEM SPECIFICATIONS FOR ONE SINGLE-PHASE OF THE INVESTIGATED

POWER AMPLIFIER

full three-phase system can then easily be assembled with three
such modules. Note that within this article the terms UHBW-PA
and PA (used interchangeably) refer to a single-phase module of
the highlighted dc–ac stage from Fig. 1 with the specifications
listed in Table I. In the nominal operating point, the full 10 kVA
output power (per phase) is delivered for a nominal rms output
voltage of 230 V at a fundamental frequency of 100 kHz into
an ohmic load (Sout = Pout = 10 kW). Note that with “large-
signal BW,” we refer to the frequency at which the amplifier can
provide its full-scale output power (at nominal output voltage
and current) according to Table I, as defined in [11].

Traditionally, such PAs are implemented as linear power am-
plifiers, especially those with very high BW requirements [12],
[13]. While they offer a very high output voltage quality, a
major disadvantage of such solutions is their low efficiency
(in particular for non-resistive loads and for power sinking),
which is especially concerning for high output powers and/or
long-term tests. Besides the inefficient operation, the high losses
demand a large cooling effort and consequently lead to a low
power density. For high output powers, switch-mode amplifiers
(Class-D amplifiers) are, therefore, clearly preferred and are also
increasingly found in commercial implementations [14], [15].
However, as explained later, to reach the desired output BW
in a switch-mode PA, very high switching frequencies in the
multi-MHz range are required.

In [11], different implementation options for such switch-
mode PAs are presented and their advantages and disadvantages
are compared with those of linear and hybrid PAs. Furthermore,
a comprehensive review of currently available and developed
PAs in industry and academia is given and a switch-mode
realization composed of multiple cascaded (series-connected)
full-bridges that achieves the same full-power BW of 100 kHz
and same single-phase output power of 10 kW is presented.
The cascade/series-connection of complete converter cells (full-
bridges), denoted cascaded H-bridge (CHB) converter, enables
an increased effective switching frequency and reduced switch-
node voltage steps, which is advantageous for output filter-
ing. There are other PA designs realized as CHB converter
that achieve remarkable performance, such as [16], a magnetic
resonance imaging high-power gradient PA with 7 kHz large-
signal BW, an output capability of 1000 V/500A, extremely
low noise and high precision resulting from a sophisticated
control method, or [17], a 41 level pulsed-sine generator with
an output fundamental frequency of up to 1 MHz at an output
voltage of up to 2 kV peak-to-peak used for cancer treatment
in biomedical applications (output power and output signal

quality unspecified). Similarly, [18] demonstrates a CHB-based
converter with a 1 MHz, 200 V amplitude sinusoidal output
with a maximum power of 1.35 kW. The downside common
to all CHB realizations, despite their very promising dynamic
performance especially under aggressive load conditions and
their full modularity (limited output voltage/power might still
be available in case of failure of one CHB cell), is, however, the
need for a galvanically isolated dc supply for each converter cell
and the resulting relatively large coupling capacitances toward
protective earth, which cause significant common mode (CM)
currents. These CM currents must be adequately filtered in order
to not impair the converter operation.

A further interesting concept are hybrid analog/digital PA
realizations that combine a high power, high efficiency switch-
mode PA (main amplifier) with a relatively low power (yet high
voltage or high current capable) linear PA (correction ampli-
fier) to achieve maximum output BW and/or maximum signal
fidelity/precision and yet moderate system efficiency. They can
be seen as compromise between purely analog and fully dig-
ital implementations. There are three possible configurations,
namely series- and parallel-connection and envelope tracking,
which are comprehensively reviewed in [19]. In [20] and [21],
a CHB-based main amplifier is connected in series to a linear
correction amplifier in a way that the closed-loop dynamics are
determined solely by the latter. Thereby, a BW of 105 kHz of
the linear amplifier is achieved, which, e.g., allows to generate
full-scale test signals of up to 60 kHz with the hybrid PA. An
example of a parallel hybrid PA is shown in [22], where the
linear amplifier defines the output voltage and the via a single
filter inductor coupled switch-mode amplifier delivers the bulk
load current. In that sense, the linear amplifier can be seen as
active filter of the switch-mode main amplifier. Similarly, the
linear amplifier could be replaced by a low power, fast switching
(and therefore, high BW) digital converter, shown, e.g., in [23]
and [24]. Envelope tracking is a technique where a switch-mode
converter forms a varying supply voltage for the linear PA based
on the desired output voltage envelope, in order to minimize the
voltage drop across and hence the conduction losses in the linear
power transistors [25]. A particularly interesting application
field are radio-frequency (RF) power amplifiers where an RF
signal with varying amplitude envelope has to be amplified. Re-
alizations of such an envelope tracking PA based on a three-level
buck converter are presented in [26] and [27] where experimental
results verify accurate tracking of a 10 kHz rectified sine wave
with an amplitude of 4 V. A boost-type solution for higher
operating voltages (up to 130 V rms) and power levels (up to
1.5 kW) and a tracking BW of 1 kHz is shown in [28].

In contrast to CHB converter cells and/or hybrid analog/digital
and digital/digital approaches, which typically are more com-
plex in realization, this article discusses the realization of an
entirely switch-mode PA with multiple switching cells (SCs)
connected in parallel and series, which, in addition to reducing
the switch-node voltage steps, also allows an increase in the
effective switching frequency [29]. Within this article, we use
the term switching cell for one half-bridge with corresponding
dc-link capacitor, unlike CHB converter cells, which are com-
posed of one full-bridge with dedicated dc link capacitor. The
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aim is to explore the performance limitations by pushing the
(effective) switching frequency to very high values, while still
keeping circuit complexity at a reasonable level. In [10], the
optimal number of parallel- and series-connected SCs for the
specifications given in Table I has already been discussed. In this
article, this analysis is extended and verified using a hardware
demonstrator.

Section II derives the circuit topology, focusing on semicon-
ductor loss scaling depending on the number of series- and
parallel-interleaved SCs and ultimately a suitable topology is
selected. Section III then shows a detailed design procedure for
the high-frequency (HF) output filter inductors before Section IV
presents the realized hardware demonstrator of the UHBW-PA
including a liquid cooling system and highlights important de-
sign aspects. The performance of the hardware demonstrator
is experimentally verified in Section V. Finally, Section VI
concludes this article.

II. CONVERTER TOPOLOGY

A. Switch-Mode Power Amplifier

The BW of switch-mode PAs is limited by the necessary
output filter (typically a k-stage second-order LC filter with
corner frequency fc and an attenuation of −k · 40 dB/dec),
which attenuates the HF spectral content in the switched output
voltage, such that the local average (averaged over one switching
period Tsw) remains [22]. This local average is tracking a pro-
grammed reference voltage/waveform vref given by the desired
application scenario (e.g., coming from the RTS in P-HIL test
environments). Within this article, we restrict the discussion to
single-stage LC output filters. Assuming a naturally sampled
(continuous) pulsewidth modulation (PWM) with a triangular
carrier and a purely sinusoidal vref with frequency fout, the
switched voltage vsw contains spectral components at multiples
of the switching frequency n · fsw and the respective sidebands
n · fsw ± k · fout with n ∈ N and k ∈ {2, 4, . . .} if n is odd
or k ∈ {1, 3, . . .} if n is even [30]. To attenuate sidebands
at frequencies below fsw, the filter corner frequency fc must
be substantially lower than fsw. To account for effects, such as
finite filter slopes (e.g., −40 dB/dec) and component tolerances,
in practice, fc < fsw / 10 is typically chosen [31]. At the same
time, fc must be higher than the maximum anticipated output
frequency fout,max to avoid exciting the filter resonance (fc ≥
kf · fout,max). Thereby, to reach the desired BW of 100 kHz,
switching frequencies in the range of several MHz are required
(fsw ≥ 10 · kf · fout,max).

The authors of [11] derived the minimum required fsw to
reach a certain output voltage quality (quantified by means of the
output voltage peak-to-peak ripple Δvout,pp) for a certain maxi-
mum capacitive current and maximum inductive voltage drop in
the respective filter elements. For a practical case of Δvout,pp =
2% · v̂out (peak full-scale output voltage v̂out), 30% capacitive
current, and 15% inductive voltage drop a standard 2-level (2L)
voltage source inverter (VSI) requires fsw = 5MHz. Even with
the ever more widespread availability of wide-bandgap (WBG)
power semiconductors with significant reduction of switching
losses compared to their traditional silicon (Si) counterparts, fsw

in normal 2L operation is still limited by the (hard) switching
losses, particularly if a certain efficiency (95% in the case at
hand) is targeted. Therefore, alternative circuit topologies to
the 2L-VSI are required, which allow to increase the effective
switching frequency fsw,eff of the switched voltage seen by the
output filter without the penalty of high switching losses per
device (switching losses distributed between multiple devices),
i.e., the individual devices switch at a much lower frequency
fsw.

Based on results of a previous study on this topic in [10], we
briefly repeat the basic idea of series- and parallel-interleaving
to ultimately find the most suitable combination of both ap-
proaches, i.e., a series–parallel–interleaved multilevel converter
topology, which best fulfills the design goals (cf. Table I).

1) Series Interleaving: Multilevel converters are used to in-
crease the number of voltage levels of vsw that is applied to
the output filter inductor by phase-shifting the operation of
(M − 1) series-connected SCs or full converter cells. Each
cell is operated with fsw, generating M distinct voltage lev-
els at the switch-node as depicted in Fig. 2(a.ii)–(a.iii). The
HF harmonics of vsw are shifted to higher frequencies, i.e.,
to fsw,eff = (M − 1) · fsw. Furthermore, the blocking voltage
stress of the switches is reduced to Vdc / (M − 1), which on the
one hand renders certain semiconductor technologies usable in
application scenarios where they normally cannot be used (e.g.,
600 V gallium nitride (GaN) devices with an 800 V dc link)
and on the other hand offers the possibility to use lower voltage
devices with a potentially better figure-of-merit [32]. From the
various multilevel topologies described in the literature, such as
modular multilevel converters [33] (which need active control
of the individual submodule capacitor voltages [34]), CHB [35],
and neutral-point clamped converters [36], [37], the flying ca-
pacitor converter (FCC) initially proposed in [38] and depicted
in Fig. 2(a.i) has the fundamental advantage that it can generate
a high number of voltage levels with reasonable semiconductor
effort, lower circuit complexity compared to other multilevel
approaches and is capable of generating a dc output without
auxiliary circuits for active voltage balancing of the stacked
dc link capacitors. It has to be mentioned, however, that under
certain operating and load conditions (e.g., low inductor current
ripple and dc output voltage component), active balancing of
the flying capacitor (FC) voltages is required and can be imple-
mented with relatively simple control algorithms, such as the
one presented in [26]. As mentioned in the introduction, there
are several application scenarios where CHB converters are very
well suited but due to circuit complexity and overall system
efficiency considerations (an isolated dc link voltage needs to be
provided to each individual CHB cell), the FCC is identified as
a most promising converter candidate for the given application.
The operation of the M -level FCC has been widely discussed in
the literature [39], [40], [41] and a further explanation is omitted
here.

2) Parallel Interleaving: High current ratings demand an
increased semiconductor area, which can either be realized with
large devices or by paralleling N small devices. In the latter
case, phase-shifted operation of N parallel-interleaved 2 L SCs
as shown in Fig. 2(b.i), hereinafter called branches, can favorably
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Fig. 2. (a.i) Circuit diagram of an M -level FCC with one FC-cell highlighted, (a.ii) resulting equivalent circuit for the switch-node voltage vsw and (a.iii)
corresponding time- and frequency-domain representations of vsw for M = 5, i.e., a 5-level converter (4 FC cells), clearly indicating the multilevel nature of
the output voltage with the first occurring frequency component (above fout) in the spectrum at the effective switching frequency fsw,eff = (M − 1) · fsw. (b.i)
Parallel interleaving of multiple (N ) 2L branches leading to (b.ii) the equivalent circuit with the effective switch-node voltage vsw,eff formed with the inductive
voltage divider. The same multilevel waveform (b.iii) as for (a.iii) is achieved by taking the mean of all individual switch-node voltages and thus the first frequency
component (above fout) in the spectrum is located at fsw,eff = N · fsw (here shown for 4 interleaved 2L branches); Figure taken from [10].

be used (commonly also referred to as multiphase operation in
the literature) [42]. Not only does this lead to a (partial) cancel-
lation of the current ripple between the individual branches, and
hence a reduction of the ripple in the summed output current
isum seen by the filter capacitance C, but at the same time,
an increased effective switching frequency fsw,eff = N · fsw

is obtained at the output capacitor as illustrated in Fig. 2(b.ii)–
(b.iii) [43]. There, fsw denotes the switching frequency of each
individual 2 L SC and N the number of interleaved branches.
The effective (or virtual) switch-node voltage vsw,eff results from
the inductive voltage divider and shows a multilevel nature
that is equal for both, one single series-interleaved M -level
bridge leg and N = M − 1 times parallel-interleaved two-level
half-bridges (cf. Fig. 2(a.iii) and (b.iii) for M = 5 and N = 4,
respectively). In both cases, the voltage spectrum contains no
components between fout and fsw,eff (assuming natural sampling
PWM), and therefore, the filtering effort can be drastically re-
duced while keeping a moderate switching frequency fsw of each
half-bridge, which is beneficial in terms of switching losses per
device. Note that coupled inductors can be used to symmetrize
the individual branch currents iLi and to further reduce the
current ripple, while achieving the same or even better transient
response [44], [45]. Uncoupled filter inductors, however, are
offering the desired flexibility to operate UHBW-PAs either as
single-phase high current sources or three-phase lower current
sources, which extends the possible application scenarios as
mentioned earlier.

3) Series-Parallel Interleaving: Since series-interleaving
distributes the voltage stress among several devices and par-
allel interleaved operation distributes the current stress among
the parallel branches, a combination of the two approaches
gives additional degrees of freedom in terms of loss and stress
distribution. For a parallel-interleaved multilevel converter, the
effective switching frequency of the current ripple seen by the
filter capacitor C is given as

fsw,eff = N · (M − 1) · fsw = nSC · fsw (1)

where nSC = N · (M − 1) denotes the total number of uti-
lized SCs. At the same time, the effective (or virtual) switch-node
voltage is composed of nSC + 1 distinct voltage levels, i.e., the
voltage steps applied to the output filter areΔvsw,eff = Vdc/nSC.
Considering a required fsw,eff in the range of 5 MHz, a com-
bination of both approaches allows for a low individual device
switching frequency fsw and offers both, voltage and current
stress sharing.

B. Output Filter Design

To design the single-stage LC output filter, four different
constraints are derived based on the general HF equivalent
circuit of a switching stage depicted in Fig. 3(a.i), where vsw,eff

denotes the unfiltered (nSC + 1)−level switched voltage with
switching frequency fsw,eff that is generated with the series- and
parallel-interleaved converter (with arbitrary M and N ).
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Fig. 3. (a.i) Equivalent circuit of N parallel-interleaved M -level series-
interleaved branches indicating the effective switch-node voltage vsw,eff , the
effective filter inductance Lfilt and the filter capacitance Cfilt for a single-stage
output filter. (a.ii) Fundamental frequency phasor diagram showing the impact
of a load phase angle ϕ (here: ohmic-inductive load) and the reactive current
and voltage in the filter elements. (b) Representation of four design criteria that
define the valid range for the filter components in the filter DS according to [46],
displayed for different number of SCs nSC = N · (M − 1). The valid DS for
nSC = 6 (realizable, e.g., with M = N = 3) is highlighted and the preferred
solution is marked with �; Figure based on [10].

In the resultant filter design space (DS) proposed in [46], the
criteria are graphically visualized on a Lfilt versus Cfilt plane
(cf. Fig. 3(b) for different nSC and highlighted for nSC = 6).
Note that for the output filter operation it is irrelevant by which
combination of M and N a certain nSC is obtained.

The primary goal of UHBW-PAs is to achieve maximum
BW. This criterion is formulated with a minimum ratio kf be-
tween filter corner frequency fc and maximum output frequency
fout,max, i.e.,

Lfilt · Cfilt ≤ 1

(2π)2 · k2f · f2
out,max

(2)

which corresponds to a minimum required fc to prevent peaking
of vout at the maximum output frequency. (2) embodies a hyper-
bola in the DS and is illustrated with the pink line in Fig. 3(b)
for fout,max = 100 kHz and kf = 4 (empirical value).

To maximize the output voltage quality (besides the BW
the main goal in PAs) a certain maximum peak-to-peak output
voltage ripple Δvout,pp has to be defined. Assuming a fixed
fsw,eff , the relative output voltage ripple Δvout,pp/Vdc is found
as

Δvout,pp/Vdc =
1

32 · nSC · Lfilt · Cfilt · f2
sw,eff

(3)

and corresponds to a hyperbola in the filter DS (green curves
in Fig. 3(b) for different nSC and for Δvout,pp/Vdc = 1%).
There, Vdc is the full dc-link voltage, even though in practice,
a split dc link with 2 × Vdc/2 is used. With fc = 1/(2π ·√
LfiltCfilt), (3) can be rearranged to

fc =

√
8

π2
· nSC · f2

sw,eff · Δvout,pp
Vdc

(4)

and shows that with increasingM and/orN (that is, with increas-
ing nSC) the same output voltage quality (e.g., Δvout,pp/Vdc =
1%) is achieved with a higher filter corner frequency. In fact,

(4) gives the maximum allowed fc to still achieve the de-
sired output voltage quality. This clearly motivates the series-
and parallel-interleaved circuit topology, because for a given
effective switching frequency fsw,eff = nSC · fsw a realization
with series- and parallel-interleaving (nSC > 1), thanks to the
increased maximum possible fc, therefore reduces the filtering
effort. In any case, a higher fc allows to use smaller filter
components and thereby advantageously helps to minimize the
system volume.

Additional design constraints result from the maximum volt-
age drop vL and maximum current iC in the filter elements at the
nominal operating point with Vout = 230V rms,Pout = 10 kW
(ohmic load) and the maximum output frequency fout,max =
100 kHz, i.e., as already calculated in [11]

2π · fout,max · Lfilt · Iout ≤ kv · Vout (5)

2π · fout,max · Cfilt · Vout ≤ ki · Iout (6)

with the nominal rms output current Iout = Pout/Vout (for an
ohmic load). kv and ki are the maximum allowed fractions
of Vout and Iout to appear across Lfilt and flow through Cfilt,
respectively. Equations (5) and (6) correspond to the vertical
blue and horizontal red line in the DS in Fig. 3(b) and result
in Lfilt ≤ 1.26 µH and Cfilt ≤ 99 nF with kv = 15% and
ki = 33%. The intersection of the two lines gives the minimum
possible fc. As can be seen with the highlighted valid DS (cyan)
fornSC = 6, the maximum inductor voltage drop and maximum
capacitor current constraints overrule the minimum fc criterion
from (2) for the given values of kf , kv and ki. If, for example,
kv = 30%would be chosen (semitransparent blue line), the DS
would be limited by the maximum fc according to (2) forLfilt >
1.6 µH (cf. dashed gray outline in Fig. 3(b)). Note that only the
output voltage quality criterion depends on nSC. In the interest
of maximum output voltage quality, the minimum possible
filter corner frequency fc,min = 1/(2π

√
Lfilt,maxCfilt,max) =

472 kHz (marked with� in Fig. 3(b)) withLfilt,max = 1.26 µH
and Cfilt,max = 99 nF is selected. If the smallest possible filter
volume is favored, the design withCfilt = Cfilt,max and the min-
imum requiredLfilt should be selected from the DS (marked with
� in Fig. 3(b) for nSC = 6). Generally, a low-filter inductance
and high filter capacitance facilitates a low converter output
impedance to prevent load dependence of the output voltage.
Note that depending on the load phase angle ϕ, the inductive
voltage drop across Lfilt and the capacitive current through Cfilt

lead to an increase or a decrease of vsw,eff and isum as illustrated
with the fundamental frequency phasor diagram in Fig. 3(a.ii).
In the nominal operating point with an ohmic load, the chosen
kv and ki increase the required vsw,eff by ≈ 1% and isum by
≈ 4.5%.

From Fig. 3(b) follows that a valid DS only results for nSC ≥
3, which again proves that for a given fsw,eff a higher nSC is
beneficial in terms of filtering, i.e., that for fsw,eff = 4.8 MHz,
a single 2L (nSC = 1), or three-level (nSC = 2) SC could not
achieve sufficient output voltage quality. As we show later, for
the given specifications and the available power semiconductors,
only designs with M ≥ 3 and N ≥ 2 (nSC ≥ 4) are feasible.
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Fig. 4. Characteristics of a class-D amplifier inverter stage realization with N parallel-interleaved M -level FCC branches. (a) and (b) Total power semiconductor
conduction and switching losses and (c) resulting efficiency considering only the total semiconductor losses. For the calculation, 70 mΩ 600 V GaN HEMTs are
considered [47].

C. Quantitative Performance Evaluation

To ultimately determine the best-suited combination of N
parallel-interleavedM -level series-interleaved branches, a com-
prehensive simulation model is used to estimate the occurring
converter losses. Due to the arbitrary output voltage and current
waveform, generally, hard switching (HSW) losses occur. Given
the at the same time relatively high expected device switching
frequency fsw, only GaN power semiconductors can be reason-
ably utilized in this application, since both, silicon-carbide and
Si devices have too high specific switching losses (either due to
the output charge Qoss and/or the reverse recovery charge Qrr).
Generally, GaN devices with a small die area and therefore low
Qoss are preferred as they have lower zero-current switching
(ZCS) and HSW losses. Furthermore, the device must be avail-
able in a package that allows adequate heat dissipation, since
despite the series- and parallel-interleaved operation, substantial
losses per device are expected. To avoid heat dissipation through
the printed circuit board (PCB), e.g., by means of thermal
vias [48] or advanced PCB technologies, such as copper inlays
or PCB integrated power devices [49], only top-side cooled
devices are considered. Gallium nitride high-electron-mobility
transistors (GaN HEMTs) are available either as high-voltage
(HV) devices with blocking voltage capabilities of 600− 650 V
or as low-voltage (LV) devices with blocking voltages of 100−
200 V. The latter are only applicable for M ≥ 7 voltage levels
and therefore, 600 V devices are better suited for the analysis
under the given specifications. 70 mΩ 600 V GaN gate injection
transistors (GITs) (a special realization of GaN HEMTs [50])
turned out to be best-suited from the currently available devices
on the market in terms of switching performance and particularly
regarding heat dissipation capabilities. As will be shown later in
more detail, the overall losses are prominently dominated by the
HSW losses. This again motivates that in general a low die area
and therefore, a low output charge Qoss of the semiconductor is
preferred. Moreover, top-side cooled devices allow to decouple
the electrical layout of the power commutation loop from the
thermal design. Thereby, no thermal vias and/or copper inlays
are required, which on the one hand limit the possibilities to
design a power commutation loop with as low an inductance
as possible and on the other hand would also limit the heat

dissipation capabilities because the heat has to flow through the
PCB. From the available top-side cooled 600 V/650 V devices,
many are intended for high current applications, i.e., feature a
low Rds,on, thus, a relatively large Qoss, and are, therefore, not
well suited for this application. The selected 70 mΩ devices
have a Qoss of only 41 nC (at 400 V) and at the same time
offer a large metallic cooling pad (area of ≈ 0.8 cm2). A
similar device would be [51] with Rds,on = 67 mΩ but it has
a higher Qoss of 47 nC (14% more than [47]) and a smaller
cooling pad of only ≈ 0.16 cm2 (80% less than [47]). With
estimated losses of ≈ 35 W per semiconductor (cf. Fig. 4),
the power loss density is the limiting factor for the thermal
design, and therefore, a large cooling surface is preferred. There
are other devices with larger cooling surface, e.g., [52] with
≈ 0.47 cm2 (still 40% less compared to [47]) but they have
a Qoss of 134 nC (3× more compared to [47]), which would
significantly increase the already high switching losses (cf. loss
breakdown in Fig. 11) and are thus not favored. The selected
70 mΩ devices are, therefore, a reasonable tradeoff between
the considered aspects. In addition, these particular devices by
means of a so-called hybrid drain prevent the phenomenon of
increased dynamic on-state resistance (dynamic Rds,on) after
application of a large drain–source voltage (current collapse)
reported to occur in GaN switches [53]. An additional p-GaN
region electrically connected to the drain injects holes during
the off-state, which completely release the trapped electrons and,
thus, eliminate the effect of the dynamic on-state resistance [54],
[55]. This is a significant advantage for operation at high switch-
ing frequencies. Therefore, these devices are used for the loss
evaluation [47]. It has to be mentioned, however, that there is
still a significant temperature dependence of Rds,on, which is
considered in the loss model by utilizing the worst-case Rds,on,
i.e., the value at a junction temperature of 125 ◦C.

Fig. 4 shows the result of a detailed loss analysis for differ-
ent possible converter realizations with N parallel-interleaved
M -level series-interleaved branches. Fig. 4(a) shows the con-
duction losses, (b) shows the switching losses, and (c) shows the
resultant semiconductor efficiency for different combinations of
M and N in the nominal operating point. In all cases, the output
filter with Lfilt,max and Cfilt,max is considered. The reverse
conduction losses during the dead time are included in the total
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conduction losses of Fig. 4(a) assuming a fixed dead time of
td = 24 ns (a more detailed explanation regarding the selection
follows just below). Note that at least Mmin = 3 voltage levels
are required in each bridge-leg for Vdc = 800 V when using
600V switches. Similarly, at least Nmin = 2 parallel-interleaved
branches are required to not exceed the maximum current rating
of the utilized switches (if paralleling of multiple devices is not
considered). Moreover, the efficiency target can only be achieved
with N > 2.

1) Conduction Losses: From Fig. 4(a), it can be deduced
that for any given N , the conduction losses increase linearly
with increasing M , since at any time (M − 1) series-connected
transistors conduct the branch current. Similarly, for a given M ,
they scale with 1/Nα whereas ideally, α = 1, meaning that the
current perfectly distributes among the N branches. In practice,
0 < α < 1 because only the fundamental component of the total
inductor current (isum) splits equally among the N branches but
the current ripple does not scale with 1/N for a fixed fsw,eff and
a fixedLfilt. It does, however, reduce with increasingM , because
the voltage difference (and hence, the voltage-time area) applied
to the inductor reduces.

2) Switching Losses: The switching losses in Fig. 4(b) in-
clude calorimetrically measured HSW and soft switching (SSW)
(zero-voltage switching (ZVS)) losses [10]. Depending on the
switched current, full ZVS may not be possible within the given
dead time (td = 24 ns in all cases—a minimum td is favorable
to minimize low-frequency (LF) harmonics in vout as will be
seen in Section V-B), so partial-hard switching (PHSW) occurs
where a certain residual charge on the output capacitor is shorted
inside the transistor. PHSW losses are modeled based on the
approach presented in [56] and are included in the calculation.
Note that generally the selection of the dead time is subject to
an optimization process to minimize the overall losses. A large
dead time enables full ZVS for lower switched currents but at
the same time has the disadvantage of increasing the reverse
conduction (third quadrant) losses due to the increased voltage
drop between source and drain. This is in particular a concern
with GaN semiconductors, which do not have a physical body
diode but are inherently symmetrical devices such that during
reverse conduction the voltage between source and drain equals
the threshold voltage plus the absolute value of the negative gate
to source voltage to keep the transistor safely in the off-state [57].
Ideally, the dead time is adapted based on the switched current
in order to always achieve full ZVS without the disadvantage
of keeping the complementary device in the off-state for an
unnecessary long time with increased reverse conduction losses
[56]. A low fixed dead time on the other hand has the advantage
of giving the lowest output voltage distortion (cf. Section V-B)
but achieves full ZVS only for higher switched currents (≈ 4 A
in the given case), i.e., PHSW is more likely to occur. In the
interest of maximum output voltage quality, a value as low as
possible (but fixed) is selected for the dead time (td = 24 ns)
in the following analysis.

The HSW losses per device can be modeled as

PHSW = fsw

(
QossVsw +

1

2

V 2
sw

dv/dt
Isw +

1

2

I2sw

di/dt
Vsw

)
(7)

with the transistor output charge Qoss (which is in fact volt-
age dependent, i.e., Qoss(Vsw)), the switched voltage Vsw, the
switched current Isw, and the voltage and current transition rates
dv/dt and di/dt. Only the effect of charging and discharging
the output capacitor Coss as well as V − I overlap during the
turn-ON transition (turn-OFF transition assumed lossless) is con-
sidered in (7) [58]. According to [10], the term in (7) that goes
quadratically with Isw can be neglected unless very high currents
are switched (di/dt → ∞). In the considered device, Qoss(Vsw)
scales approximately linearly withVsw and, therefore, for a given
Isw the HSW losses are expected to scale quadratically with Vsw

under the simplified assumption of a constantdv/dt independent
of the switched voltage and current. For a given Vsw, however, a
linear relation between the HSW losses and Isw is expected on
top of a certain loss offset (ZCS losses,QossVsw term). In a series-
and parallel-interleaved converter, Vsw reduces linearly with M
and similarly, the fundamental component of Isw reduces linearly
with N . For a fixed fsw,eff and a fixed Lfilt the current ripple,
however, does not scale with N . Therefore, with increasing N
(and fixed M ), i.e., decreasing fundamental component of Isw

but constant current ripple, the HSW losses are expected to scale
with 1/Nβ (β > 1). For low switched currents, that is for high
N , the ZCS and/or PHSW and/or SSW losses dominate and the
simplified scaling with 1/Nβ is not valid anymore as seen in
Fig. 4(b).

With increasing M (and fixed N ) and, therefore, decreasing
Vsw a loss scaling with 1/(M − 1)γ and γ = 2 would be fore-
casted using (7). Yet, Fig. 4(b) rather indicates a linear relation,
i.e., γ = 1, which has the following two reasons.

i) Calorimetric HSW loss measurements confirm the
quadratic dependence on Vsw only for low currents (Isw <
8 A), but for higher Isw the losses scale linearly with Vsw.

ii) For a given N , the hard switched current Isw increases
with increasingM due to the accompanying lower current
ripple. This accordingly leads to larger HSW losses and
counteracts the expected quadratic decrease.

3) Semiconductor Efficiency: Finally, Fig. 4(c) shows the
resultant expected semiconductor efficiency ηsemi considering
the total forward and reverse conduction, HSW, PHSW, and
SSW losses, i.e.,

ηsemi =
Pout

Pout + Pcond,tot︸ ︷︷ ︸
Fig.4 (a)

+ Psw,tot︸ ︷︷ ︸
Fig.4(b)

(8)

in the nominal operating point (Pout = 10 kW). As expected
from the loss scaling, ηsemi improves with increasingN , whereas
for a given N it generally decreases with increasing M as the
conduction losses start to dominate. With very high M and N ,
efficiencies up to 98% are theoretically possible, but come at
the expense of a very complex design. Fortunately, the efficiency
target is reached already with lowerM andN . It has to be kept in
mind that the presented calculation only considers one specific
switch. For M ≥ 7, LV 200 V GaN HEMTs could be used,
however, as shown in [32], the area-specific on-state resistance
r∗ds,on (in Ω·m 2 or mΩ· mm2) of GaN devices roughly scales
linearly with the required blocking voltage from drain to source
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(BVDS). Therefore, the penalty of utilizing a high BVDS GaN
device at a lower voltage is not as high compared to Si devices,
which scale roughly with BVDS2...2.5.

D. Design Selection

To choose a suitable design, not only the losses but also the
volume, particularly of the FCs and the branch inductors, as
well as the overall design complexity (e.g., placement of gate
drivers (GDs) for each of the 2 · nSC switches, layout of the
commutation loop in each SC, routing of the signals, etc.) must
be considered.

1) FC Volume: The FC volume is approximated using a
polynomial fit of the capacitance density versus rated voltage
from commercially available ceramic capacitors. As shown, e.g.,
in [40], the required capacitance is found as a function of the
peak switched current and the desired absolute voltage ripple
ΔvFC (5 V peak-to-peak in our case) as well as the frequency
fiLpp = fsw,eff/N at which the FCs are charged and discharged
(equal to the current ripple frequency in each branch). The
peak switched current reduces slightly with increasing M for
a given N thanks to the smaller current ripple and, therefore, the
required capacitance per FC reduces. By adding an additional
voltage level with series-interleaving (M ′ = M + 1), the FC
volume automatically increases, since on top of the already
present FCs of the M -level series-interleaved bridge leg now
an additional FC is placed. While the voltage rating of each
additional capacitor is smaller, the overall FC volume still scales
linearly with M . However, with increasing N , for a given M ,
the volume scales even nearly quadratically for three reasons:

1) Every branch needs the same number of FCs at the same
voltage levels (volume scaling linear with N ).

2) Due to the fixed fsw,eff , fiLpp reduces with 1/N . Thus the
required capacitance and therefore the required FC volume
increases linearly with N .

3) The peak switched current, however, does not linearly
reduce with increasing N , which would lead to a scaling
of the required capacitance and FC volume with 1/N , but
due to the constant current ripple shows a less pronounced
dependence on N , as explained earlier.

2) Branch Inductor Volume: The volume of each individ-
ual branch inductor Lbr scales roughly with kVL = Lbr · îL,pk ·
IL,rms, where kVL is an indicator for the stored energy in Lbr.
With a fixed value for Lfilt, the branch inductance scales linearly
with N and is independent of M . The branch inductor rms
current IL,rms does not significantly reduce with increasing M
(i.e., lower current ripple), but reduces approximately with 1/N ,
since it is mainly defined by the fundamental component, which
scales with 1/N . The branch inductor peak current îL,pk slightly
reduces with increasing M due to the smaller current ripple and
except for high N (N > 6) reduces with roughly 1/N due to the
smaller fundamental component. For N > 6, the ripple current
dominates and, therefore, îL,pk does not reduce any further. All
in all, the total volume of allN required branch inductors slightly
reduces with increasing M (more pronounced for high N ) and
increases with increasing N (less pronounced for high M ).

Fig. 5. Topology of the selected 3L3 FCC realized with 70mΩ 600 V
GaN power switches switching at 800 kHz, resulting in an effective switching
frequency fsw,eff of 4.8 MHz.

3) Three-Level Triple-Interleaved (3L3) Converter: From
the ηsemi = 95% contour in Fig. 4(c) can be seen that almost all
designs withN > 2 (exceptionM = 9/N = 3) are fulfilling the
efficiency criterion. It should be noted, however, that additional
losses in the converter, e.g., in the inductors, cause the system
efficiency η to be smaller than ηsemi. Therefore, a design with
ηsemi > 95% has to be chosen. After a comprehensive efficiency,
volume and design complexity trade-off, finally the solution
with M = N = 3, i.e., a 3L3 converter topology is selected
(highlighted in Fig. 4), which is expected to achieve 96%
semiconductor efficiency, allows for a very power dense system
realization and has manageable design complexity. The topology
is depicted in Fig. 5. With nSC = 6 SCs, each transistor has a
device switching frequency of fsw = 800 kHz to finally achieve
fsw,eff = 4.8MHz at the summation node. The triple-interleaved
design advantageously offers the flexibility to reconfigure the
converter for a three-phase output (with 1/3 power rating in
each phase compared to the total single-phase output power) by
placing three individual filter capacitors with a capacitance of
Cfilt/3 after each branch inductor. Therefore, the converter can
be used, for example, as high BW drive system with sine filter.
Please note that a three-level FCC has also been identified in [27]
as best-suited for a tracking power supply of a linear RF PA.

III. BRANCH INDUCTOR DESIGN

A. Core Material and Geometry

A vital part of the system are the branch inductorsLbr1...3 that
give the effective filter inductance Lfilt = 1.26 µH (cf. Fig. 3).
With N = 3 branches, each of the three inductors has an in-
ductance of 3.8 µH and sees a triangular current ripple with a
frequency fiLpp = fsw,eff/N = 1.6 MHz. Since both, the fun-
damental and the ripple components of the inductor current are
relatively HF, a suitable core material with good HF properties,
such as those offered by manganese-zinc and nickel-zinc ferrites,
is required. It should further have a sufficient magnetic perme-
ability μr at frequencies in the MHz range without generating
excessive core losses. A comprehensive analysis of various avail-
able materials has shown that the 3F46 ferrite from Ferroxcube
designed for a maximum operating frequency of 1− 3 MHz is
the most suitable.
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A pot core geometry that covers the whole winding minimizes
the external magnetic stray field around the inductor (magnetic
shielding) provided the air gap is only in the center pillar. This
is a very important benefit, since it allows to encapsulate the
inductor in a metallic housing to facilitate the heat dissipation
without generating excessive ac losses due to the proximity
effect, as it would be the case for other core shapes, e.g., E-
cores, where the winding heads are not covered by the magnetic
material. The required core cross-sectional area AFe is selected
based on the maximum allowed peak magnetic flux density B̂
(single-sided amplitude), which necessarily needs to be below
the saturation flux density Bsat,3F46 ≈ 430 mT @100 ◦C, but
typically is selected considerably smaller to limit core losses.
An empirically determined value B̂ = 250 mT< Bsat,3F46 is
used in this case. In a simplified assumption, B can be thought
of as being composed of two components:

1) a current-impressed fundamental component B0;
2) a voltage-impressed ripple component BHF.
Their respective single-sided amplitudes B̂0 and B̂HF (peak

values) are expressed as

B̂0 = Lbr · îL,0/(Nt ·AFe) (9)

B̂HF = Vdc/(8 · (M − 1) ·Nt · fiLpp ·AFe) (10)

with the peak fundamental branch inductor current îL,0 (equal
distribution of the sum of the output current iout and the filter
capacitor current iC between the N branches; îL,0 = 21 A in
the nominal operating point for N = 3) and the number of turns
Nt. The worst-case current ripple occurring for duty-cycles
D = 0.5 / (M − 1) (and odd multiples thereof) [29] is as-
sumed in (10). The remaining two degrees of freedom areNt and
AFe, which must be chosen to limit the peak total flux density
B̂ ∈ [max{B̂0, B̂HF}, B̂0 + B̂HF] accordingly. The worst-case
B̂ = B̂0 + B̂HF arises when the maximum current ripple occurs
at the same time as the peak fundamental current. Due to the
arbitrary load phase angle ϕ, no a priori statement regarding
the location of the worst-case current ripple with respect to the
peak fundamental current can be made, hence, the worst-case
B̂ = B̂0 + B̂HF has to be considered.

Using the well-known area product AFeAw (winding window
area Aw) [59] a P26/16 core with AFe = 87mm2 is chosen from
all cores of the selected material and shape (core dimensions
indicated in Fig. 6(a.i)–(a.ii)). With (9) and (10) together with
the now known AFe, the minimum required number of turns is
found as

Nt,min =

⌈
1

BmaxAFe

(
LbrîL,0 +

Vdc

8(M − 1)fiLpp

)⌉
= 6.

(11)
This finally results in B̂0 = 155 mT and B̂HF = 60 mT and,
therefore, a worst-case B̂ = 215 mT.

B. Winding Arrangement

It was already shown in [10] that HF litz wire results in mini-
mum losses for the given inductor current profile. In particular,
the losses at fundamental frequency fout are substantially lower
compared to, e.g., solid round or flat wire. The abovementioned

Fig. 6. (a.i)–(a.ii) Comparison of two winding arrangements and the resulting
magnetic field H in the winding window assuming an impressed current of
1A in each turn (obtained with FEM simulations). The dimensions of the
utilized pot core are further indicated. (b) Calculated ac winding resistance
considering the skin effect and the internal and external proximity effect of both
investigated winding arrangements. Thereby, the magnetic field determined with
FEM simulations is used for the calculation. (c) Comparison of the measured
inductor ac winding resistance (Arr. 2 - picture of the winding included) with
the calculation.

encapsulation of the inductor in the metallic housing has the
disadvantage that it is more difficult to extract heat from the
winding. While heat extraction is improved by potting the wind-
ing in the core with a thermally conductive compound (Bergquist
TGF 3500LVO), still a relatively conservative maximum LF
rms current density Srms = 7 A/mm2 is selected to prevent sub-
stantial self-heating. With IL,rms = 17 A (obtained from circuit
simulation at the nominal operating point), a copper cross section
ACu ≈ 2.5 mm2 is required. A HF litz wire with 625 × 71 µm
strands is selected (twisted with 5 × 5 × 25 bundles/strands).

C. AC Winding Losses

The air gap is calculated to obtain the required inductance
(δ = 1.6 mm in this case) and as mentioned earlier, is realized
only in the center pillar of the pot core to avoid external stray
fields. Inside the winding window, however, there is a strong
magnetic field near the gap. Consequently, this region must not
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TABLE II
CALCULATED (ITALIC) AND MEASURED (UPRIGHT) AC RESISTANCE AT

f = 100 KHZ AND f = 1.6 MHZ WITH RESULTING AC WINDING LOSSES

be filled with turns. Fig. 6 motivates this by comparing two
winding arrangements in the P26/16 core that both lead to the
desiredLbr. In Fig. 6(a.i), theNt = 6 turns are placed uniformly
distributed starting from the bottom (Arrangement 1), whereas
in Fig. 6(a.ii), the area in the vicinity of the air gap is kept
empty (Arrangement 2). In both cases, the magnetic field H
in the winding window is obtained with finite element method
(FEM) simulations (also indicated in Fig. 6(a.i)-(a.ii). Thereby,
a homogeneous current density in each turn is assumed (ideal
HF litz wire). The ac resistance Rac(f) versus frequency with
contributions from the skin effect and proximity effect (internal
and external) is then analytically calculated as proposed in [60]
using the mean H2

rms in each of the turns. Of particular interest
are the values Rac,100k at fout,max = 100 kHz and Rac,1.6M

at fiLpp = 1.6 MHz. As visualized in Fig. 6(b), compared to
arrangement 1, arrangement 2 reduces Rac,100k by a factor of 2
andRac,1.6M by almost a factor of 4.5 for the same dc resistance
and is therefore clearly preferred.

Finally, Fig. 6(c) compares the measured Rac of the three
constructed prototypes according to winding arrangement 2 with
the analytically calculated value and reveals very close match-
ing. The measurements are obtained with a precision impedance
analyzer (Agilent Technologies 4294A). Moreover, Fig. 6(c)
includes a picture of one inductor winding (Arrangement 2)
where the empty space on the inner side is visible.

The resulting ac winding losses are estimated with the simu-
lated inductor current spectrum for the nominal operating point
and with Rac(f) (calculated and/or measured). Table II summa-
rizes the results for the calculated Rac (italic) of arrangements 1
and 2 and the measured Rac (upright) of the three inductors and
the resulting ac winding losses. The total lossesPtot are split into
a fundamental componentP100k and an HF componentPHF. The
latter contains everything except the fundamental component,
i.e., all frequency components above 100 kHz. There are slight
variations between the three inductors due to tolerances in the
manufacturing, but in general the measured Rac conforms very
well with the model. It can be seen that the ac winding losses
are mainly determined by the HF components of the current
ripple. The calculatedRac in Fig. 6(c) is further decomposed into
contributions from the skin-, internal, and external proximity
effect. The latter clearly dominates Rac for frequencies above
several hundred kilohertz and could be reduced by using a
litz wire with a smaller strand diameter, e.g., 40 µm instead
of 71 µm, and more strands to achieve a similar copper cross

section area. This would lower PHF (approximately by a factor
of 3− 4 predicted with calculations, i.e., by around 16 − 18 W
for all three inductors combined), however, the filling factor is
also reduced and the placement of the winding according to
arrangement 2 is potentially not possible anymore. In addition,
the combined ac winding losses of all three branch inductors
are below 25 W, which is a very insignificant part of the total
converter losses, as will be shown later.

D. Core Losses and Properties of the Realized Inductors

The realized inductor prototypes are potted in metallic cooling
enclosures with the same compound used to pot the winding in
the core. The final prototypes have a self-resonance frequency of
approximately 23 MHz, which is significantly above fiLpp. The
saturation current is determined with measurements and exceeds
60 A. The worst-case core losses in the final inductors are
roughly estimated with electrical loss measurements with sinu-
soidal excitation in a series-resonant configuration as proposed
in [61]. Due to the highly nonuniform flux distribution in pot
cores, the P26/16 core is also used for the loss measurements in
order to have conditions as similar as possible to those in the final
operation. Pure ac excitation with 100 kHz and B̂0 = 155 mT
results in losses of ≈ 1.1 W. Similarly, a HF excitation with
a sinusoidal flux density profile with fiLpp = 1.6 MHz and
B̂HF,∼ = 49 mT (amplitude of the first harmonic in the tri-
angular flux density profile with B̂HF = 60mT, cf. (10)) on top
of a dc bias Bdc = {0, 77, 100, 125, 155}mT results in losses
of {1.53, 2.45, 3.01, 4.17, 4.34}W. Therefore, the worst-case
weighted core losses over one fundamental period are ≈ 4.2 W
(sum of the 100 kHz loss component and the weighted HF ripple
components for different dc bias flux densities occurring over
one fundamental period). Here, always the maximum HF flux
density ripple is assumed. In practice, depending on the duty-
cycle, the HF flux density ripple and therefore the associated core
losses are smaller, so core losses of ≈ 4.2 W per inductor are
a worst-case approximation. Due to the large surface and very
good thermal connection of the core to the cooling housing, the
core losses can anyway be dissipated very well. Furthermore,
similar to the ac winding losses, compared to the semiconductor
losses, the core losses do not significantly influence the system
efficiency.

IV. HARDWARE DEMONSTRATOR

This section describes the development of a Three-Level
Triple-Interleaved (3L3) converter hardware prototype, which
is used to demonstrate the full functionality of the system, i.e.,
operation at the high fsw,eff and the high output voltage quality,
and to verify the predicted system efficiency. Fig. 7 shows a
picture of the realized prototype and highlights the very compact
realization (overall dimensions of 123× 123× 26.5 mm, field-
programmable gate array (FPGA) board not included, since this
could be soldered directly on the top PCB) with a boxed volume
of only 400 cm3 (24.4 in3), which results in a power density
of 25 kW/dm3 (410 W/in3). The most relevant system building
blocks and the dc input/ac output interfaces are labeled. The
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Fig. 7. Picture of the realized hardware demonstrator of the single-phase
10 kVA power amplifier with the most important building blocks labeled.
The overall dimensions of 123× 123× 26.5 mm give a power density of
25 kW/dm3 (410 W/in3).

Fig. 8. Volume breakdown of the hardware demonstrator indicating the abso-
lute and relative contribution of the individual building blocks/components.

converter consists of three PCBs, starting with the power section
(power transistors, GDs, dc link, and FCs) at the bottom, the GD
supply, the HV auxiliary supply, and part of the measurement cir-
cuits in the middle and at the top the analog-to-digital converters
(ADCs) and the FPGA to control the system. Furthermore, the
top PCB features several communication interfaces to connect
the converter with a host computer. The whole system is mounted
on a custom manufactured coldplate as part of a liquid cooling
system (cf. Section IV-B). The cubes in the background contain
the three branch inductorsLbr (cf. Section III) and the connection
(fittings) for the liquid cooling system.

The volume breakdown of the 3L3 converter shown in Fig. 8
indicates a very uniform distribution between the different com-
ponents. Remarkable is that the PCBs, the fittings for the liquid
cooling system and the coldplate already account for almost
40% of the total volume. The capacitor share is composed of
the dc link capacitors (≈ 14 µF effective capacitance between
“DC+” and “DC−” at Vdc = 800 V, split as 2 × 28 µF at 400 V
at the split dc link), the FCs (≈ 6 µF effective capacitance at
VFC = 400 V) and the output filter capacitor (3 × 33 nF C0G).

A. Power Stage Layout Considerations

To minimize the V − I overlap losses, the switching transi-
tions must be as fast as possible (high dv/dt, cf. (7)), demanding

careful layout of the GDs and the power commutation loop.
Fig. 9(a) shows the bottom view of the power stage PCB with
the top-side cooled switches. The layout of the three branches
is fully modular and could easily be extended for any M and/or
N . Fig. 9(b) exemplary highlights the coplanar commutation
loop layout for the outer SC of the third branch (T8H3 and T8L3).
The layout is identical for all six SCs. The copper plane on the
inner layer 6 (distance of 150 µm to the bottom layer where
the switches are mounted, cf. Fig. 9(d)) is on “DC-” potential
and provides a coplanar return path for the commutation current
(indicated with the blue and cyan arrow for current flow on the
bottom and the inner layer 6, respectively). Measurements reveal
a contribution of the PCB layout to the power loop inductance
of < 2.2 nH for the outer SCs and of < 1.5 nH for the inner
SCs (copper plates that cover the entire semiconductor footprint
are used instead of the transistors to account solely the PCB
contribution). In the latter case, the inductance is lower because
the source of T4Hi and the drain of T4Li are directly connected
at the respective switch-nodes “SWi” (i ∈ {1, 2, 3}). Related
to the device internal inductance of 3.5 nH between drain and
source, the layout does not significantly contribute to the overall
power loop inductance.

Fig. 9(c) shows the GD layout of T4L3 (identical layout for
all 12 switches). In contrast to metal-oxide-semiconductor field-
effect transistor with an isolated gate, the utilized GaN GITs have
a diode between gate and source, which after turn-on requires
a small steady-state gate current Ig,ss to flow [57]. Therefore,
a GD circuit featuring an ac-coupled high current turn-on path
and in parallel a dc-coupled path for the small Ig,ss based on
the one proposed in [62] is utilized. In this case, the GD has a
bipolar supply to ensure a constant negative bias VGD− = −5 V
in the off-state to prevent parasitic turn-on. Similar to the power
loop, the gate loop is realized coplanar to minimize the loop
inductance (return path on inner layer 1). Measurements reveal
a turn-on and turn-off gate loop inductance of Lg,on ≈ 3 nH
and Lg,off ≈ 4 nH. Since the GD integrated circuit (IC) sink
pin (for the turn-off) is located further away from the GaN
transistor, it makes sense that Lg,off > Lg,on. Compared to the
measured device internal gate to source loop inductance of
LG,int ≈ 7 nH, the external contribution is minor. Strict care was
taken to prevent overlapping copper of jumping potentials (e.g.,
the source nodes) and logic nets (e.g., PWM, enable or measure-
ment signals coming from/going to the FPGA), which would
introduce significant CM currents over the parasitic capacitance
due to the high dv/dt and potentially lead to distortions and/or
malfunction of the digital circuit.

B. Cooling System

An anticipated semiconductor efficiency of ηsemi = 96% at
a power level of Pout = 10 kW (nominal ohmic load) results in
power losses of roughly Ploss,device = 35 W in each switch-
ing transistor of the 3L3 design (total semiconductor losses
≈ 420 W). The resultant semiconductor power loss density of
≈ 42 W/cm 2 demands for liquid cooling to efficiently dissipate
the heat without excessive temperature rise [63]. Along with
reliability concerns, a too high junction temperature ϑj of the
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Fig. 9. (a) Power stage of the 3L3 with highlighted individual branches and corresponding components. (b) Detailed view of the coplanar power commutation
loop (drain to source) in the outer FC cell of branch 3. (c) Detailed view of the coplanar Gate (G) to Kelvin Source (KS; equal to GNDGD potential) commutation
loop of one switch (T4L3) (turn-on path highlighted; equivalent for the turn-off path). (d) Layer stack of the 2.4 mm thick power PCB. Each copper layer has a
thickness of 70 µm (2 oz.).

Fig. 10. Simplified setup of the liquid cooling solution for the 3L3 converter
with indicated dimensions of the overall system (123 × 123mm), the thickness
of the coldplate (4.5 mm) and the dimensions of the liquid cooling channel
(15 × 2 mm). From the measured coolant inlet and outlet temperature and the
volume flow of approximately 2 l/min, the total losses can be estimated.

GaN transistor substantially increases the conduction losses
because of the very pronounced temperature dependence of
the on-state resistance Rds,on [53]. A custom-milled aluminum
liquid cooling coldplate to cool the 12 power transistors and the
three branch inductors is designed. Fig. 10 shows a semitrans-
parent bottom view of the coldplate and the power PCB. The
path for the coolant (H2O in this case) from the inlet (cold side,
blue) to the output (hot side, red) through the single meandering
channel as well as the positions of the components to be cooled
are highlighted. A detailed side view of the assembly is shown at
the bottom of Fig. 10. The rectangular water channel is 15 mm
wide to match the width of the power transistor’s heat pad. Due to
the coldplate’s low profile of only 3 mm (2 mm channel height),
the 1.5 mm thick cover plate is glued to the coldplate to ensure
a fully sealed assembly. An electrically insulating thermal gap

pad (T-Global TG6050, indicated with pink color) attaches the
transistors to the coldplate.

With the resulting volume flow of roughly V̇ = 2 l/min and
the measured water inlet and outlet temperatures ϑH2O,in and
ϑH2O,out, the losses can be estimated from the basic heat transfer
equation with

Ploss,tot ≈ Q̇ = ρH2O · V̇ · cH2O · (ϑH2O,out − ϑH2O,in) (12)

where cH2O = 4181 J/(kg · K) is the specific heat capacity and
ρH2O = 997 kg/m 3 the density of water at a temperature of
25 ◦ C, respectively. Note that (12) neglects heat dissipation from
the surface of the coldplate, e.g., through natural convection or
radiation. Therefore, the actual total losses are slightly higher
than the estimated ones. With (12), the calculated total losses
of ≈ 420 W would only lead to a temperature difference of
3 K, which is difficult to measure accurately. Nevertheless,
the simple estimation is a good sanity check for the precision
electrical loss measurements presented later (cf. Section V-A).
Note that the coolant (H2O) heats up while flowing from the
inlet toward the outlet such that, e.g., underneath T8L3 and T4L3

the temperature is already higher than the inlet temperature
ϑH2O,in. This could in principle lead to unequal semiconductor
temperatures and therefore, to unbalanced losses (e.g., due to
the strongly temperature-dependent on-state resistance in GaN
devices). However, thanks to the relatively high volume flow and
short channel length, with the given cooling solution the overall
temperature difference between inlet and outlet is only roughly
3 K (at maximum losses of ≈ 420 W), and therefore, there is no
significant uneven temperature distribution that could have an
influence on the loss sharing and the symmetric current handling,
as verified in Fig. 15. There are alternative cooling channel
geometries, which do ensure a more symmetrical temperature
distribution, i.e., multiple parallel channels, which is of particu-
lar importance for large heat sinks. There, it must be ensured that
the volume flow is equal in all parallel channels as otherwise the
temperature distribution can be significantly non-uniform [63].
The geometry in Fig. 10 is mainly selected because it inherently
ensures equal volume flow throughout the channel, allows for
a straight-forward channel design and still gives a small overall
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TABLE III
AVAILABLE MEASUREMENTS ON THE 3L3 CONVERTER WITH THEIR SAMPLING

RATE fs, RESOLUTION B AND BW

temperature difference thanks to the relatively small dimensions
and the high volume flow.

C. Measurement Circuits and Control

An FPGA is responsible for the PWM pattern generation, the
processing of measurement signals, the supervision of voltages
and currents and for the communication with a host computer.
In this article, the 3L3 is operated without closed-loop control
but in a next step, suitable control schemes such as the ones
proposed in [64] are implemented. This has to be done directly
in hardware on the FPGA for maximum controller update rate,
i.e., to minimize execution time. As shown in [64], a crucial part
to achieve a high control BW is to minimize the overall loop
delay, which includes the measurements (latency of the ADC),
the execution time inside the FPGA (pipeline latency) and the
signal isolator and GD delays. An ADC with a sampling rate
of 125 MHz and a latency of 5 clock cycles (analog devices
LTC2255) is used to sample the summed inductor current isum,
the output voltage vout and the output current iout. The transistors
are driven with an isolated GD IC featuring a low propagation
delay and a very tightly specified jitter (Si Labs/Skyworks
Si8271). Apart from a small loop delay, very high BW voltage
and current measurements are required. The latter have been
extensively analyzed in [65] and [66] and finally, an off-the-shelf
Hall-effect current sensor extended with a current transformer
to achieve a BW > 30 MHz is integrated into the 3L3. Table III
summarizes all available measurements with their sampling rate
and resolution that can be performed with the converter. Note
that the vload measurement can be used for ac load sensing
to compensate, e.g., the voltage drop across the inductance
connecting the output of the 3L3 with the load or to impress
a certain output impedance, as shown in [6].

All measurements from Table III are additionally used for
overvoltage and overcurrent protection with ultrafast response,
i.e., within few tens of nanoseconds.

V. PERFORMANCE VERIFICATION

This section presents experimental measurement results to
verify the performance of the 3L3 hardware prototype. As
mentioned above, the converter is operated in open-loop con-
figuration.

A. Efficiency and Losses

The system efficiency η is electrically measured
for sinusoidal output voltages with a constant rms
value Vout = 230 V at different output power levels
Pout ∈ {3.3 kW, 5 kW, 7.3 kW, 8 kW, 9 kW, 10 kW}
(purely ohmic load) and for different output frequencies
fout ∈ {10 kHz, 20 kHz, 50 kHz, 100 kHz}.

In all cases, the system is supplied with a split dc link com-
posed of two 400 V dc voltage sources and a fixed dead time
td = 24 ns is set. The load resistor RL is realized with multi-
ple parallel-connected low-inductive planar resistors (Ohmite
TAP800). To minimize the parasitic inductance LL from the
connection between converter output and load, depending on
Pout, multiple separate load resistor assemblies are connected
directly to the converter output. At maximum fout and Pout, the
influence of LL is the strongest, since at this operating point
simultaneously the inductive voltage drop becomes maximum
and the load resistance minimum. This worst-case corresponds
to the nominal operating point, whereLL ≈ 1.4 µH, and results
in a phase-shift of roughly 10 ◦ between vout and iout (cos(ϕ) =
0.985). Appendix A derives the maximum possible output power
for different load phase angles ϕ. An output power derating of
maximum 27.5% is required for purely capacitive loads.

The efficiency measurements are performed with a preci-
sion power analyzer (Yokogawa WT3000) and are depicted in
Fig. 11(a). The measured efficiency (dots) is compared with
calculations (continuous lines) resulting from the loss model
introduced in Section II-C, additionally including the branch
inductor ac winding losses according to Section III-C. The
target efficiency of 95% is achieved over a very wide range
of Pout and fout. In the nominal operating point (marked with
�), the efficiency is 95.8%. The partial load efficiency is
worse for higher fout because of the capacitive current ic in
Cfilt, which depends solely on fout and vout and not on Pout

(for a fixed output voltage). This current generates switching
and conduction losses in the power stage. Furthermore, Fig. 11
shows detailed calculated loss breakdowns for (b)fout = 10kHz,
(c) fout = 50 kHz, and (d) fout = 100 kHz. In general, the
measurements conform very well with the calculations and the
absolute difference between the measured and calculated losses
is< 25W. Because measurements give a better efficiency at low
Pout than the calculations but a lower efficiency at high Pout, it
can be concluded that the model underestimates ohmic losses
and slightly overestimates constant losses (independent of Pout)
and/or losses scaling linear withPout. More specifically, since the
effect is more pronounced for high fout, the real system has more
ac resistance in the power path than modeled. Potential sources
for the ac resistance are, e.g., the primary conductor of the current
transformers (two in total), PCB tracks carrying the load current
(in particular the return connection from the summing node to the
filter capacitor located next to the dc link) and contact resistance
of soldering joints. Fig. 11(d) nicely shows the loss “offset” for
fout = 100 kHz compared to fout = 10 kHz, even at low Pout,
due to the higher switching losses given by the aforementioned
capacitive current in Cfilt. The semiconductor loss distribution
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Fig. 11. (a) Measured (dots) and calculated (lines) system efficiency for different output frequencies (10 kHz - blue, 20 kHz - red, 50 kHz - green and 100 kHz
- orange) versus output power Pout with an ohmic load, an output rms voltage of Vout = 230 V and a fixed dead time (interlocking delay) of td = 24 ns. (b)–(d)
Calculated loss breakdown indicating HSW (blue), PHSW (orange), SSW (yellow) losses, semiconductor conduction losses (purple), semiconductor reverse
conduction losses (green), and inductor conduction losses (cyan) for an output frequency of (b) 10 kHz, (c) 50 kHz and (d) 100 kHz. Further included are the
measured total losses (black dots) in comparison with the loss model. The nominal operating point (10 kW ohmic/100 kHz) is marked with �.

Fig. 12. Calculated efficiency and loss breakdown for operation with fout =
100 kHz at maximum rms output current Iout = Pout,max/Vout,nom =
43.5 A and varying rms output voltage Vout into a purely ohmic load.

in the nominal operating point (marked with �) is practically
identical to the one in Fig. 4 for the M = N = 3 design.

Furthermore, Fig. 11(b) and 11(c) reveal that for fout =
10 kHz and 50 kHz a better partial load efficiency (lower losses)
could be achieved by implementing an adaptive dead time, which
enables full ZVS also for lower switched currents. Since this
would require an increase of td from its minimum value of 24 ns
and in turn would lead to a distortion of the output voltage,
further measures would need to be implemented to compensate
this effect (cf. Section V-B). Fig. 12 depicts the efficiency
and a breakdown of the calculated losses (obtained with the
extended loss model also used in Fig. 11) for operation with
fout = 100 kHz and full-scale output current, i.e., an rms out-
put current Iout = Pout,max/Vout,nom = 43.5 A into a purely
ohmic load, for different rms output voltagesVout between 40 and
230 V (nominal operating point). This corresponds to the worst-
case operating mode, since the output power decreases linearly
with output voltage and the output current is always maximum.
The efficiency drops from 96% in the nominal operating point
(Vout = 230V andPout = 10 kW) to 80% forVout = 40V and
Pout = 1.74 kW. This is expected, since the total losses do not
reduce with lower output voltage (they are more or less constant

and show a slight bathtub shape), whereas the output power does
(linear decrease with decreasing Vout). The bathtub shape of the
losses can be explained with the current ripple, which depends
on the modulation depth (and therefore on Vout). Reducing
the output voltage from the nominal value of 230 V initially
increases the current ripple (duty-cycle more often close to 0.25
and 0.75, which gives maximum current ripple in a three-level
FCC [26]) and therefore, leads to reduced HSW losses (lower
current switched hard) and more PHSW and SSW transitions.
With further output voltage reduction (below approximately
170 V rms), the ripple is reduced because the duty-cycle is
always close to 0.5, which in a three-level FCC gives minimum
current ripple [26]. Opposite to the case of large ripple, this leads
to more HSW losses (higher current switched hard) and less
PHSW and SSW transitions. The conduction losses, however,
slightly decrease thanks to the lower ripple but this decrease has
negligible impact on the total losses. The reduced current ripple
also explains the lower inductor conduction losses for low output
voltages, which according to Table II are predominated by the
HF losses (current ripple) at fiLpp due to the substantially higher
ac resistance at fiLpp compared to fout (approximately a factor
of 50). Despite the efficiency degradation with reduced output
voltage in this worst-case operation mode it is still substantially
higher compared to linear PAs (best-case efficiency of 78.5%
for a full-scale output into a purely ohmic load [11]).

B. Output Voltage Quality

Phase-shifted PWM, where one reference signal vref is
compared with nSC phase-shifted carrier signals, each with
a frequency fsw (device switching frequency) is one possible
modulation strategy for series- and/or parallel-interleaved con-
verters [67]. This strategy is used in the presented 3L3 con-
verter. Digital implementation of the PWM offers maximum
flexibility, but has the disadvantage of finite horizontal (time)
and vertical (amplitude) resolution. It was shown in [64] that
a regularly sampled PWM (also called synchronous PWM),
where the compare values/duty-cycles are updated at the top
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Fig. 13. Influence of the dead time td on the output voltage quality with
a quasi-analog PWM modulator (125 MHz update rate). (a) Measured output
voltage (fout = 100 kHz, Vout = 230 V rms, Pout = 3.3 kW, ohmic load). The
measurements are offset by multiples of 20 V to visualize the differences in
the waveforms. (b) Corresponding output voltage amplitude spectra with the 9
lowest harmonics of fout.

and bottom of a triangular carrier signal introduces a time delay
Td of 3/(2fsw,eff) = 312.5 ns (with fsw,eff = 4.8 MHz), which
can substantially limit the maximum achievable controller BW.
Therefore, a quasi-continuous operation of the PWM unit is
favorable, i.e., the duty-cycles are updated in every FPGA clock
period, resulting in an update rate of fPWM = fclk = 125 MHz,
where 125 MHz is the maximum achievable FPGA clock fre-
quency. This implementation is comparable to a naturally sam-
pling PWM [30] and is used in the 3L3 to virtually eliminate
the PWM delay [68]. The vertical resolution is limited by the
ratio of FPGA clock frequency to the symmetric (triangular)
carrier signal frequency fsw. The number of possible duty-cycles
equals 
fclk/(2 · fsw)� = 78. The 3L3 can set the local average
of the switch-node voltage 〈vsw〉 (mean over one switching
period) with a resolution of Δ〈vsw〉 = Vdc/78 = 10.25 V in
each branch. Effectively, this corresponds to a voltage resolution
Δ〈vsw,eff〉 = Δvsw/N = 3.42 V (local average of the effective
switch-node voltage vsw,eff ) thanks to the parallel-interleaved
topology. A further reduction of Δ〈vsw,eff〉 would be possi-
ble with a High-Resolution PWM (HRPWM), which is cur-
rently being investigated as part of ongoing research on this
topic.

Fig. 13(a) shows measured output voltages at fout = 100 kHz,
Vout = 230 V rms and Pout = 3.3 kW (ohmic load) for

different dead times td (interlocking delays). Note that the
different waveforms are offset by multiples of 20 V to better
visualize the distortions. The resulting output voltage spectra
are depicted in Fig. 13(b) and indicate the presence of odd
harmonics of the output voltage. With a higher td, the amplitudes
of the odd harmonics are increasing, which is also visible in
Fig. 13(a) as distorted waveform around the minima and maxima
of the sine. Compared to td = 48 ns, for td = 16 ns, the third
and fifth harmonic are substantially reduced from 7.5 to 1 V
and from 4.8 to 0.8 V, respectively. During the dead time,
depending on the direction of the switched current, either a
resonant ZVS transition starts, which directly after the turn-off
signal from the FPGA changes the switch-node voltage (SSW),
or the switch to be turned off goes into reverse conduction
and only after the signal to turn on the complementary switch,
i.e., after td, the switch-node voltage changes (HSW). This is
a fundamental cause of nonlinearities, in particular the source
of odd harmonics [69], because depending on the direction and
magnitude of the switched current, a voltage-time area is applied
to the inductor, which is different from the one calculated in the
controller [70]. Nevertheless, Fig. 13 indicates a very high output
voltage quality for low td. A further improvement, however,
could be desired, e.g., to reduce the error voltage applied to
the output voltage controller. A common strategy to mitigate
the dead time nonlinearities is to delay the switching pulses in
the FPGA depending on the current direction and magnitude to
effectively apply the correct voltage-time area to the inductor.
This acts as feed-forward term to correct the dead time induced
nonlinearities. Alternatively, the actual pulses at the switch-node
can be measured and compared with the ideal PWM pulses
(without the dead time), which does not need output current
sign and/or magnitude measurements. Noise-shaping is then
applied to shift the dead time induced nonlinearities to higher
frequencies [71]. While the accurate measurement of the fast
pulses at the switch-node can be difficult because of HF noise
coming from the extremely fast dv/dt in GaN transistors, the
noise-shaping approach further requires that fsw (and not fsw,eff

because the dead time is present for every SC, i.e., occurs in
every switching period 1/fsw) is significantly greater than fout

(typically, fsw/fout > 10 [71]), which is not given in our appli-
cation. In the current implementation, no dead time correction
is used, and therefore, a minimum td should be selected in the
interest of maximum output voltage quality. Because efficiency
measurements showed that td = 24 ns has the lowest losses, this
value is finally selected. The amplitudes of the third and fifth
harmonic are 2.5 V and 1.2 V, respectively in this case, which
is still lower than Δ〈vsw,eff〉.

C. Exemplary Waveforms at Nominal Operating Point

Fig. 14 shows the measured output voltage vout (green;
100 V/div) and output current iout (red; 15 A/div) in the nominal
operating point (fout = 100 kHz, Pout = 10 kW (ohmic load),
Vout = 230 V rms). The output represents a clean sine wave
without harmonic distortion. In Fig. 15, the measured individual
branch inductor currents iL1 (blue; 6 A/div), iL2 (red; 6 A/div)
and iL3 (green; 6 A/div) and the calculated summed current isum
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Fig. 14. Measured waveforms of the output voltage (green, 100 V/div) and output current (red, 15 A/div) of a 100 kHz fundamental frequency large-signal
(230 Vrms) sine and an output power Pout of 10 kW (ohmic load). Time scale of the zoomed view is 2 µs/div.

Fig. 15. Measured branch inductor currents iL1 (blue), iL2 (red), and iL3 (green) on a scale of 6 A/div indicating balanced current sharing between the three
branches. Additionally, isum (orange, 18 A/div) indicates the reduced current ripple thanks to the parallel interleaving.

(orange; 18 A/div) are depicted for the same operating point. It
can be seen that the three currents are symmetrically distributed
and correctly phase-shifted by 120 ◦ between the branches. The
ripple on the resulting summed current isum is, therefore, signifi-
cantly limited (note the different vertical scale in Fig. 15). At the
moment, no active (closed-loop) current balancing is employed,
i.e., the current sharing is established purely by the application

of the same reference signal to the PWM modulator in each
branch (nominally identical voltage-time areas applied to each
Lbr) and by the parasitic resistances (Rds,on of the transistors
and the winding resistance ofLbr). The FC voltages are naturally
balanced with an error< ±2% of the nominal voltage thanks to
the inherent losses in the power stage. Active balancing would be
possible with the currently implemented modulation to further
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improve the steady-state FC balancing but is not used at this
stage.

Due to the compact realization and the mounting of the
top-side cooled switches on the coldplate, the temperature distri-
bution of the switches could not be measured during operation,
e.g., with a thermal camera. The switch case temperatures as
well as the branch inductor winding temperatures are measured
with negative temperature coefficient temperature sensors. For a
H2O inlet temperature of ϑH2O,in = 30 ◦C the semiconductor
case temperatures are all below 60 ◦C. With a datasheet specified
thermal resistance from junction to case of Rth,j−c = 1K/W
and with approximately 35W losses per switch this leads to
a junction temperature ϑj ≈ 95 ◦C, which is well below the
maximum allowed value. The inductor winding temperatures
are all below 40 ◦.

VI. CONCLUSION

The growing prevalence of power electronic converter sys-
tems featuring WBG semiconductors with ever higher switching
frequencies motivate the need for ultrahigh bandwidth power
amplifiers (UHBW-PAs) for characterization and testing pur-
poses. In this article, circuit topologies for a switch-mode
(Class-D) realization of such power amplifiers are analyzed. A
switch-mode realization is generally desired because it features
a significantly higher efficiency compared to traditional analog
realizations. However, the achievable BW in switch-mode am-
plifiers is ultimately limited by the maximum possible switching
frequency. This frequency has to be chosen sufficiently higher
than the corner frequency of the output filter. Therefore, series-
and parallel-interleaving concepts are investigated to allow an
effective switching frequency fsw,eff (relevant for filtering) in
the MHz range despite a moderate switching frequency fsw

of the individual switches. Series-interleaving distributes the
blocking voltage stress and parallel interleaving the current
stress between multiple devices. Therefore, the combination of
both approaches, i.e., the parallel–interleaved operation of sev-
eral series-interleaved (multilevel) bridge-legs, is comprehen-
sively analyzed in terms of loss, volume and design complexity
scaling and eventually a Three-Level Triple-Interleaved (3L3)
flying capacitor converter (FCC) is selected. A highly compact
hardware demonstrator (power density of 25 kW/dm 3 / 410
W/in3) of a single-phase module is realized for performance
verification. Important design aspects are described in detail.
Experimental results verify the operation with 10 kVA output
power (per phase) at 230 V rms output voltage with an output
frequency of 100 kHz (nominal operating point), where a system
efficiency of 95.8% and excellent output voltage quality (third
and fifth harmonic 2.5 V and 1.2 V, respectively) is achieved. A
three-phase output can be realized with three individual single-
phase modules of the presented converter or alternatively, the
three parallel-interleaved branches of a 3L3 converter can be
reconfigured for a three-phase output.

The presented versatile UHBW-PA module serves as a solid
basis for testing and characterization of future power converters
with WBG semiconductors. Further work on this topic includes
the implementation of highly dynamic closed-loop controllers
for different application scenarios, e.g., general amplification,

Fig. 16. Theoretical limitation SLim (green) of the apparent output power
versus the load phase angleϕ (phase-shift between the output voltage and current
waveforms) for the given selection of the filter elements (Lfilt = 1.26 µH,
Cfilt = 99 nF) for a 100 kHz sinusoidal output signal with 230 Vrms relative
to a nominal output power of 10 kVA (blue) and ohmic load (ϕ = 0 ◦). The
limitation is derived from the switch rms current forM = 3 andN = 3under the
assumption of a worst-case peak-to-peak current ripple of 100% (with respect
to the fundamental component). The required derating of around 27.5% of the
output power for capacitive loads is highlighted in red; Figure based on [10].

virtual impedance emulation, machine emulation, and so on.
Important characterization parameters are then dynamic speci-
fications, such as the responses to a reference voltage step and
to a load step (disturbance). Thereby, also an High-Resolution
Pulse Width Modulation (HRPWM) and dead time correction
are advantageously implemented to additionally improve the
output voltage quality and/or to achieve high precision reference
tracking.

APPENDIX A
THEORETICAL PERFORMANCE LIMITATION

This appendix describes the output power limitations/derating
for different load types, i.e., load phase angles. This derivation
has already been presented in [10] and is included here for
completeness. Given the sinusoidal nature of the output voltage
and current, theoretical output power limitations for the pro-
posed converter can directly be derived using the phasor repre-
sentation of output voltage and current (cf. phasor diagram in
Fig. 3(a.ii)). For the nominal operating point at fout = 100 kHz
and Vout = 230 V rms, the theoretical possible apparent output
power SLim for each load phase angle ϕ (phase-shift between
the output voltage and current waveform) is depicted in Fig. 16
in green. It is limited by the following two constraints:

1) The maximum possible voltage amplitude that can be
generated at the switch node, given by Vdc/2, here set
to 0.95 · Vdc/2 to have a certain margin (corresponds to
a modulation depth mM = 0.95), i.e., |vsw,eff | ≤ mM ·
Vdc/2 according to the phasor diagram in Fig. 3(a.ii).
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2) The maximum possible switch rms current, which is lim-
ited by the semiconductor losses and thus highly depends
on the thermal design.

The rms current derived from the conduction losses occurring
forM = 3 andN = 3 and ohmic load in the nominal operating
point is taken as a reference [cf. Fig. 4(a)], i.e., Isw,rms ≈
11.60 A. The inductor current relates the switch current to
the output current and its rms value is calculated under the
assumption of a triangular peak-to-peak current ripple of 100%
(with respect to the amplitude of the fundamental component)
as worst-case approximation. Since the current limit is derived
from the ohmic load case, the SLim circle intersects with the
blue circle representing the nominal power SNom = 10 kVA at
ϕ = 0 ◦ and ϕ = 180 ◦. It is shown that for capacitive-resistive
loads (0 ◦ < ϕ < 180 ◦), the current limitation (constraint ii)
in above list) leads to an output power derating of maximum
27.5%, which is much lower compared to state-of-the-art linear
power amplifiers (derating by a factor of three) [13]. For all other
load cases, there is a sufficient margin, especially for inductive
loads (> 30% margin) because they partially compensate the
reactive power of the output filter. If higher currents would be
allowed, the maximum possible converter voltage (constraint
i) in above list) would limit the maximum output power for
inductive loads (ϕ = −90 ◦), since in this case vout and vL are
in phase (cf. Fig. 3(a.ii)) and arithmetically add up to vsw,eff .
This cannot be seen in Fig. 16 due to the strong current limit and
because the inductance is chosen based on limiting the maximum
inductor voltage to kv = 15% of the peak output voltage for
an ohmic load scenario.
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